Abstract-This paper presents a framework for modeling the phase noise in complementary metal-oxide-semiconductor (CMOS) ring oscillators. The analysis considers both linear and nonlinear operations, and it includes both device noise and digital switching noise coupled through the power supply and substrate. In this paper, we show that fast rail-to-rail switching is required in order to achieve low phase noise. Further, flicker noise from the bias circuit can potentially dominate the phase noise at low offset frequencies. We define the effective factor for ring oscillators with large and nonlinear voltage swings and predict its increase for CMOS processes with smaller feature sizes. Our phase-noise analysis is validated via simulation and measurement results for ring oscillators fabricated in a number of CMOS processes.
elements, the phase noise for ring oscillators have traditionally been much larger than that of resonator-based oscillators.
In this paper, we analyze the phase noise due to both the device noise and power supply/substrate noise. We present a modified linear model in Section II which considers the nonlinear impact of voltage clipping. In Section III, we define an effective factor ( ) for the ring oscillators and predict an increase in with the advance in the operating speed of CMOS processes. In Section IV, we describe the noise up-conversion mechanism due to the bias and frequency control circuits. Then we discuss the impact of the digital switching noise coupled through the shared power supply and substrate in Section V. Finally we provide some conclusions in Section VI. Additional mathematical derivations can be found in the Appendix at the end of this paper.
II. MODIFIED LINEAR MODEL
In this section, we will derive the relation between the phase noise and the internal signal swing from a modified linear model for ring oscillators. This model applies to the differential pairs and the load devices in the delay cells of the ring oscillators. We show that, in order to achieve phase noise comparable with that of the LC oscillators, fast transitions are needed, i.e., devices have to operate in a hard switching mode and be switched ON and OFF completely. Some measurement results for our test chips are also presented at the end of this section. Fig. 1 shows a simplified model for a three-stage ring oscillator. Each delay stage consists of a resistor, a capacitor, a negative cell, and a voltage limiter. The system is linear as long as the internal voltages are not clipped by the limiters. When the peak-to-peak voltage swing tries to exceed the supply voltage of the circuit, the waveform becomes clipped by and ground, and this is modeled by the limiters in Fig. 1 . For this condition the single-sideband (SSB) phase noise can be represented by (1) [2] , where is the Boltzmann's constant and is the absolute temperature. The excess noise factor accounts for the total noise from the passive resistor and the active device [8] .
A. Theoretical Analysis
represents the peak-to-peak signal voltage, is the center frequency of oscillation, and is the offset from the center frequency (1) Under linear operation, the voltage waveform is sinusoidal which can be written as . For simplicity we have neglected its dc component and assumed that it is centered around . This is a good approximation for most optimally designed oscillators. Neglecting the dc term has no impact on our following analysis. It has been shown in [3] that the impulse sensitivity function (ISF or ) 1 can be approximated as shown in (2) while its rms value is given by (3), respectively
Comparing (2) and (3), it is easy to see that the SSB phase noise for a three-stage ring oscillator can be expressed in terms of as in (4) . Even though this expression is derived for a ring oscillator with linear operation, its validity extends into nonlinear operation of a ring oscillator due to voltage clipping, since the ISF automatically considers the nonlinear effects [3] (4)
Here, we have only considered thermal noise. Since the linear model does not predict noise aliasing, only noise close to will cause phase noise in the above linear model. Even though flicker noise exists in CMOS oscillators, its magnitude is usually much smaller than the thermal noise at the oscillation frequency . Hence it is reasonable to neglect flicker noise in the linear model. A more rigorous analysis has shown that flicker noise does result in phase noise due to nonlinear and time-variant effects [3] . Nevertheless, we will not discuss the impact of flicker noise here, since, as we will show in Section IV, the dominant flicker noise sources are in the bias and frequency control circuits instead of the devices in the delay cell and it should be analyzed by a separate model.
In a real circuit, the waveform is bounded by the power supplies for large amplitudes. Let us assume that the sinusoidal waveform is symmetrically clipped as shown in Fig. 2 .
Its ISF can be approximated by (5) for for .
1 The 0(! t) is a function that defines the impact on the output phase by a unit current impulse at time equal to t. It can be shown that (1) has to be modified for as shown in (6) . Please refer to Appendix for detailed mathematical derivations for (6) We use in (6) to represent the idealized peak-to-peak voltage of the sine wave as if there was no clipping. Equations (1) and (6) indicate that the phase noise is proportional to for linear operation and is proportional to when clipped by the power supplies. The additional noise reduction results from the fact that when the voltage is clipped. Hence the period when the oscillator is susceptible to noise is reduced as the transitions take less time.
In reality, the clipping is rarely as hard as shown in Fig. 2 . We model this "soft clipping" shown in Fig. 3 by (7)
The ISF is now given by (8) and the phase noise is then given by (9) . The mathematical derivations for (9) can be found in the Appendix (8) for for .
B. Simulation Results
In Fig. 4 we show the SSB phase noise at 600-kHz offset from a 900-MHz carrier frequency as a function of different signal swings predicted by both of our hard-clipping and soft-clipping models. Here we assume that k , and V, which are typical values for practical designs. Both results indicate that the phase noise consists of two regions with regard to : a region without clipping and a region with clipping. This implies the additional reduction in phase noise when the idealized voltage swing tends to exceed the power supply ( ). The two models provide slightly different break-even points between the two regions. The break-even point for the hard-clipping model is , while the break-even point for the soft-clipping model is . The phase noise predicted by the two models are the same for small values of and only differ by 1.76 dB for large values of . Since both models provide similar predictions for the phase noise, we expect the exact shape of the nonlinear limiting not to significantly impact the phase noise performance.
Since is directly related to the maximum slew rate by (10) when the transitions take place, as an alternative, (1), (6) , and (9) can also be expressed in terms of . This is useful when the waveform is clipped and is not directly available. We will not rewrite the above equations here, since the derivation is mathematically straightforward (10) Maximizing is equivalent to maximizing the switching current. This suggests that improving the current switching efficiency can reduce the phase noise for given supply current. For a ring oscillator with fully differential delay cells, an ideal case would be that all the tail current is used for switching, i.e., a current switching efficiency of 100%. In practical delay cell topologies, the maximal current for charging and discharging the load capacitors sets a lower bond on the phase noise for given power consumption.
A survey of published literature suggests that the phase noise of LC-tank oscillators is close to 120 dBc/Hz when the results are scaled to a 600-kHz offset from a 900-MHz center frequency [9] - [11] . They are located within the ellipse in Fig. 4 . The phase noise curve for LC-tank oscillators is also plotted in this figure for k , and . Our calculation suggests that the phase noise for ring oscillators is likely to be much higher than that of LC-tank oscillators unless there is rail-to-rail switching, and efficient switching is the only possible approach.
C. Measurement Results
As a first exercise we have designed two types of ring oscillators to validate our phase-noise model. Both of them have three delay stages. The bias circuit and the delay cell for one of them are shown in Fig. 5 (called Maneatis ring oscillator from now on in this paper). It contains a source coupled-differential pair and symmetric loads which provide good control over delay and high dynamic supply noise rejection [12] . The other oscillator is a coupled ring oscillator whose diagram is shown in Fig. 6 . It contains two single-ended ring oscillators, namely a fast ring and a slow ring. Its frequency of oscillation can be tuned continuously between that of the fast ring and the slow ring.
Both oscillators were fabricated in an HP 0.5-m CMOS technology through MOSIS. The chip microphotographs are shown in Fig. 7 . As we are unable to measure the actual voltage swings without loading the oscillators, we use simulation results for as a guide. We derive from in the transient simulations for both oscillators. Our simulations suggest that mV for the Maneatis ring oscillator and V for the coupled ring oscillator. The measured center frequency for the Maneatis oscillator is 1.38 GHz and the center frequency for the coupled ring oscillator is 960 MHz. For a fair comparison, the phase noise for both oscillators are scaled to a 600-kHz offset frequency from a 960-MHz carrier. Our measured SSB phase noise results for the two oscillators are 88 dBc/Hz and 114 dBc/Hz, respectively. Both measurement results are marked in Fig. 4 with circled plus signs. They match our theoretical predictions very well for fairly typical values for and . The difference of 26 dB/Hz in their SSB phase noise is primarily due to the difference in their values of . In Fig. 8 , we plot the measured phase noise as a function of offset frequency. We note that the phase noise for the coupled ring oscillator is much lower than that for the Maneatis oscillator for all frequencies. It also rises faster at offset frequencies that are less than 300 kHz. We have run transient circuit simulations and extracted the ISFs and operating conditions for every device in the coupled ring oscillator. The result suggests that the primary flicker-noise contributors are the fast inverters. It could have been reduced further by a more symmetric waveform design [3] . The simulation and measurement results provided in this section have validated our modified linear phase-noise model. Our model suggests that the signal voltage swing is the most important factor that determines the oscillator phase noise due to the differential pairs and the loads in the delay cells. In essence, fast rail-to-rail switching is needed to minimize phase noise.
III. FACTOR FOR RING OSCILLATORS
In the last section, we developed a modified linear model for the additive noise sources in a ring oscillator. In this section, we define an effective factor based on our model and predict its potential improvement for future technologies.
For a linear model, the phase noise for an -stage ring oscillator can be written in terms of the factor as [2] (11) By comparing (11) and (1) for , we can see that for a three-stage ring oscillator if no voltage clipping is considered.
In the last section, we noted that voltage clipping helps reduce phase noise. Alternatively, we can think of this as an increase of the effective . By comparing (11) and (9), for a threestage ring oscillator with large swings is given by (12) (12) It is also interesting to express in terms of the of the CMOS process, which is given by , where is the total gate capacitance of the MOS device. The characterizes the maximum speed for the devices in a certain technology. 2 It sets a lower bond for the transition time. Therefore, it is an important factor determining . When a digital inverter is used as a delay stage, the maximum slew rate is determined by the current flowing through the negative-channel MOS (NMOS) or positive-channel MOS (PMOS) device that charges or discharges the load capacitance. In order to minimize the flicker noise, the NMOS and the PMOS devices are sized to achieve identical rise and fall times [3] . Hence, if , where and are the carrier mobilities for the NMOS and PMOS devices, respectively, then the W/L ratio for the PMOS device has to be times larger than that for the NMOS device. Now that the waveform has the same rise and fall time, we can use the discharging process to calculate the transition time. Other than the gate capacitances of the next delay stage, the load usually contains some additional capacitance from an output buffer which amplifies the internal voltage and sends it to the output. The buffer helps prevent load pulling or the variation of frequency due to any change in the output load. Let us assume that the additional load capacitance due to the buffer is , where and are the gate capacitances of the NMOS and PMOS transistors in the next stage, respectively.
The maximum slew rate is now given by (13) Therefore, the is now given by (14) 2 The f actually defines the frequency at which the current gain of the device is equal to one. Table I and also shown Fig. 9 . It can be seen that there is a trend for higher with larger values for the various technologies. However, it should be noted that the realizable 's of future processes are not likely to increase as rapidly due to the reduced supply voltages and the lag in PMOS devices. Fig. 9 projects that a close to four is possible at 900 MHz for future processes. If this is achieved, the phase noise for ring oscillators is likely to be comparable to that of LC-tank oscillators with on-chip spiral inductors. Furthermore, ring oscillators still retain their better integration properties and larger frequency tuning range. 
IV. NOISE UP-CONVERSION
In a fully differential ring oscillator, low-frequency noise close to dc from the bias and the tail devices is up-converted to the vicinity of the carrier frequency by frequency modulation. This is not modeled by our analysis in the previous section or any previously published work. In this section, we analyze this noise up-conversion mechanism and validate it via simulations and measurement results.
A. Theoretical Analysis
An -stage ring oscillator is generally biased as shown in Fig. 10 . Noise in the tail current devices causes the of the delay cell to change, hence varying the instantaneous oscillation frequency. We derive mathematical expressions to show the impact of bias noise on the overall oscillator phase noise. We will first consider thermal noise, and then extend our analysis to include flicker noise.
This up-conversion mechanism can be illustrated with the help of Fig. 11 . First, the noise is band-limited by the poles at the drains of , , , , . This low-pass filtered noise then modulates the of the delay cells, and results in frequency variation. Finally, since in the time domain, they satisfy in the frequency domain. This analysis suggests that the phase noise has a shape at low offset frequencies and drops off at a faster rate for higher offset frequencies. However, since the low-pass bandwidth is usually much larger than the oscillation frequency, the faster phase noise roll-off is rarely observed because other noise sources start to dominate. So it is of little interest. Additionally, we are usually more concerned with the up-conversion of the low-frequency noise. This is more of an issue when flicker noise is present and causes the phase noise to rise at a more rapid rate at low offset frequencies.
We treat the noise from the bias transistor separately from the noise contributed by transistors , , , in Fig. 10 , because the low-frequency noise from is correlated for all stages while the noise from , , , is not. In the following derivation, we assume that the current mirrors have a ratio of 1 : m as shown in Fig. 10 . In general, the oscillation frequency is proportional to , where is the load capacitance for each delay cell. As an example, for a three-stage ring oscillator. Even though includes a voltage-dependent part, its variation is usually much smaller than the variation in in the presence of noise. We can, therefore, derive the relation in (15) using this assumption (15) When operated in the long channel regime, the of each delay cell is given by , where is the tail current. This is valid for all the reasonable gate overdrive voltages . Using (15) , it can be shown that (16) The noise from to is treated in a similar manner to the noise from except that the noise is uncorrelated for each tail device. When we consider the frequency variation due to a single delay cell, (16) The up-conversion of flicker noise can be treated in a similar fashion. If the flicker noise is modeled as in (22) [15] (22) where and are flicker noise parameters. Then (21) can be modified for flicker noise as shown in (23) (23) Since is usually much larger than , the up-conversion of the noise from is likely to be more severe than that from the tail devices. In practice, the flicker noise from could be the major noise source at low offset frequencies.
To take into account of short channel effects, the drain-to-source current can be modeled as shown in (24) [16] (24) where and are empirical numbers. They approach 0 for long channel devices and take on larger values for short channel devices. We use this format for short channel devices, because it maintains the simplicity of our equations. Here represents the linear reduction in mobility due to short channel effects, and represents the reduction of the exponent from the quadratic to the linear for extremely short devices. Values for and can be obtained from simulations or by equating (24) with traditional short channel equations [14] .
By following a similar derivation as above, it can be shown that (25) The factor becomes smaller for short channel devices. As a result, both (21) and (23) have to be multiplied by to account for short channel effects.
B. Simulation Results
We have simulated a three-stage ring oscillator as an example whose bias circuit and one of the delay cells are shown in Fig. 12 . The frequency of the oscillator is controlled by the bias current supplied through . We apply the analysis methodology proposed in by injecting a current pulse into the nodes 1, 2, and 3 throughout a complete clock cycle and observe the phase shift after it settles into steady state again. The effective ISFs ( ) which are modulated by the thermal and flicker noise are calculated for each individual device.
As mentioned in [3] , the rms values for the 's are important for thermal noise and the mean values of the 's are important for flicker noise. sistors. It can be seen that the thermal noise contribution of all the devices are similar in magnitude, though the contribution of is slightly larger than the others. However, for flicker noise the contributions of and dominate, suggesting that the majority of the low-frequency phase noise is contributed by the bias devices.
We have only included a single device in the bias. In reality, more devices are often used for the bias. For example, a voltage-to-current converter is usually needed between the loop filter and the VCO in a PLL. Any low-frequency noise generated in is equivalent to an increase in the noise from and could potentially dominate the low-frequency phase noise.
We verify (16) in our noise up-conversion model by simulating the circuit in Fig. 12 . We vary the bias current, and observe the variation in frequency in the steady state. We assume is proportional to and is the same for dc and any low-frequency variation in . Fig. 13 provides the comparison between and . In Fig. 13 both and are drawn as functions of the bias current. In the simulations is given a fixed value so that is swept linearly. Therefore, the curve of drops at a slope of 20 dB/decade. The two curves match extremely well for low bias currents. The error increases with larger bias current because of short channel effects and current mirror mismatch due to the channel length modulation.
When increases, the mismatch between the drain voltages of and increases. This causes not to increase as much as
. As a result, the oscillation frequency becomes less sensitive to , and the curve of falls further below the curve of in Fig. 13 for the increased bias currents.
Despite short channel effects and channel length modulation effects, our simulations confirm our model for noise up-conversion. Our conclusions are further strengthened by our measurement results discussed next.
C. Measurement Results
Again, we use measurement results for the Maneatis oscillator shown in Fig. 5. Fig. 14 provides the measurement results for the circuit tested under two conditions. In the first experiment, a 100-F bypass capacitor is connected between the bias point and ground so that most of the noise from is filtered out and does not cause phase noise. In the second experiment, a 11.7-nF capacitor is used instead. 3 Due to the higher low-pass corner frequency, some of the low-frequency noise from is up-converted to phase noise by frequency modulation. With a large bypass capacitor, the phase noise curve retains the characteristic of the thermal noise. With a small bypass capacitor, the phase noise curve starts to rise faster at low offset frequencies and enters the region. This implies that the flicker noise from the bias transistor can dominate at low frequencies which confirms our previous theoretical analysis.
In a practical PLL design, the bias point is an internal node and no large off-chip capacitor is available to bypass the flicker noise from and other transistors in the bias circuit. Furthermore, no additional low-frequency poles can be placed at the VCO frequency control port in a PLL due to stability concerns. Therefore, without this filtering possibility the flicker noise level can become so high that it is even dominant at frequencies beyond the loop bandwidth and cannot be suppressed by the PLL. This is particularly an important issue for low-band- 3 We use such large capacitor values because the filter corner frequency is set by g =C where C
is the bypass capacitor value. width PLLs. Therefore, for integrated VCO designs, the current mirror bias structure should be avoided if possible.
V. POWER SUPPLY/SUBSTRATE NOISE
So far, we have analyzed the impact on phase noise caused by intrinsic device noise. When the oscillator is fabricated on the same silicon substrate and shares the same power supply with digital circuits, there is a significant amount of noise due to the digital switching activity coupled through the common power supply and the substrate. In this section, we will analyze the impact of the supply and substrate noise.
A. Theoretical Analysis
The output frequency of the VCO is traditionally considered only as a function of the control voltage, and the VCO is viewed as a block which does frequency modulation (FM). It has one input port and one output port. This is shown in Fig. 15(a) . However, a more rigorous view of the VCO is shown in Fig. 15(b) . The VCO is not only controlled by , but also the power supply and the substrate. In addition to frequency variations (FM), changes in the inputs also cause instantaneous phase shift at the output, resulting in phase modulation (PM) as well. Since a change in the output frequency causes the phase noise to accumulate, FM is usually the dominant factor, and PM can be neglected. In the following discussion, we will focus on the power supply noise. The impact of the substrate noise can be derived similarly.
We will study the ISF for the power supply first. For an -stage differential ring oscillator operating at frequency , it can be shown that its ISF is a periodic function with a frequency of , i.e.
Let us consider the three-stage differential ring oscillator as shown in Fig. 16 . Fig. 17 illustrates the waveforms for the internal nodes A, A′, B, B′, C, and C′. It is seen from Fig. 17 that the oscillator goes through six equivalent states in a clock cycle, hence the ISF for has a frequency of . This can be generalized to an -stage differential ring oscillator whose ISF for has a frequency of . Based on the analysis in [4] , only supply and substrate noise whose frequency is close to dc and will make major contribution to the VCO phase noise where . It can be shown that for supply noise close to dc, the SSB phase noise is given by (27) where is the noise amplitude, is the dc term for and is the noise frequency
For supply noise close to , the SSB phase noise is given by (28) where is the th Fourier coefficient for and is the offset frequency from (28) From (27) and (28), it can be seen that, for supply noise either close to dc or , the resulting phase noise is inversely proportional to . However, the previous statement is not precisely true when is a function of frequency. We shall provide more details of this discrepancy later in this section. In most high-frequency applications, the frequency is at multiple gigahertz and above. However, the majority of the power supply noise is closer to dc than to any of the harmonic frequencies. As a result, the low-frequency supply noise has more of an impact on the ring-oscillator phase noise, and (27) can be used for most practical design considerations.
There are also applications where the clock jitter is more of a concern. It is beneficial to discuss the impact of the supply and substrate noise in terms of jitter. In particular, we will use the term period jitter which is the variation of the clock period. With low-frequency supply noise where the instantaneous frequency of oscillation is given by
Hence (30) Fig. 18 . Sideband PSD when sinusoidal ripple is added to the power supply.
As a result, the rms value for the period jitter is defined by (31).
It is interesting to note that it is independent of the frequency of the supply and substrate noise (31)
B. Simulation Results
Due to the presence of decoupling capacitors on the circuit board and the bond wire inductance, it is hard to precisely control and measure the ripple that the circuit sees on the power supply. Therefore, we use simulations results to verify our power supply noise model on a three-stage Maneatis ring oscillator. We introduce a sinusoidal ripple with a peak voltage of 0.1 V added to the power supply for these simulations. Fig. 18 shows the sideband power spectral density (PSD) as a function of the offset frequency . In particular, the frequency of the ripple signal is at , , and where MHz and . It can be seen from the figure that, for frequencies close to dc and , the PSD for the phase noise drops at a rate of 20 dB/dec as increases for higher frequencies. The lower rate for frequencies less than 100 MHz is because the delay cell has a fully differential topology whose power supply rejection ratio (PSRR) improves at low frequencies. In other words, its becomes smaller at low frequencies. As a result, the curve for stops increasing at low offset frequencies. We have also simulated the oscillator with the ripple frequency close to . As shown in Fig. 18 , we do not see a slope as in the case of and . Instead, it only changes slightly over frequency. Additionally, we note that its absolute value is lower than for both and for low offset frequencies.
In a practical CMOS PLL design, high frequency supply and substrate noise is usually more problematic due to reduced isolation at higher frequencies [17] . In [17] , the noise power increases at a rate of 20 dB/decade over frequency until about 500 MHz. If we neglect the impact of supply and substrate noise on the other components in a PLL and use the results in [17] and Fig. 18 , the supply and substrate noise causes spurs beyond the PLL bandwidth until about 500 MHz with approximately equal amplitude. As a result, it is important to minimize . Fully differential topologies improve the immunity to the supply and substrate noise at low frequencies. Unfortunately, they do not help much at high frequencies as their PSRR degrades. The impact of supply and substrate noise on the other PLL components is beyond the scope of this paper.
In general, -stage differential ring oscillators are sensitive to power supply and substrate noise at frequencies close dc, , and its harmonics. Most practical systems are bandlimited and, therefore, the noise near dc is more important. Fully differential structures provide some common-mode rejection for lower frequencies. However, they have limited impact at higher frequencies. This increased rejection may have limited benefit because most VCOs are used within PLLs, where low-frequency noise is suppressed within the loop bandwidth and high-frequency noise is more of a problem.
VI. CONCLUSION
In this paper, we have introduced a set of ring-oscillator phase noise models which include the additive noise from the delay cells, up-converted noise from the bias and frequency control circuits and the supply/substrate noise. Our models are validated by simulations and measurement results. Our analysis suggests that fast rail-to-rail switching is needed to minimize ring-oscillator phase noise. Current bias circuits have to be avoided if possible to reduce the up-converted low-frequency noise. The supply and substrate noise degrade the oscillator phase noise around dc and . Fully differential topologies improve PSRR at low frequencies, but they provide little help at high frequencies. We have developed phase-noise models that not only predict ring-oscillator phase noise, but also provide an intuitive direction for low-phase-noise oscillator design.
APPENDIX
In this Appendix we provide mathematical derivations for the phase noise with the hard-clipping model given in (6) and the phase noise with the soft-clipping model given in (9) .
A. Derivation for (6)
The ISF expression in (5) can be rewritten in a different form as shown in (32) 
B. Derivation for (9)
With the soft-clipping model, the voltage waveform is given by (7) and the ISF is given by (8) . Now the rms value for the ISF is given in (34) For the value of the function drops sharply as increases from 0. Therefore, the integral in (34) is dominated by the contributions for values close to 0. In order to simplify the calculation, the approximation can be made for . This has insignificant impact on the result in (34) when . Now (34) can be approximated by (36)
Let . Then the result in (36) can be further derived as shown in (37)
Combining (37) and (4), we can obtain the expression for the SSB phase noise as shown in (9) .
